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Power-Efficient Gm-C DSMs With High Immunity
to Aliasing, Clock Jitter, and ISI
Yang Zhang , Debajit Basak, Member, IEEE, and Kong-Pang Pun
Abstract— Recent progress in continuous-time (CT) Delta–
Sigma modulators (DSMs) research has shown that applying a
passive RC low-pass filter (LPF) in the feedback path can significantly improve the power efficiency of a CT DSM. On the other
hand, to achieve high performance, a CT DSM faces the adverse
effects of clock jitter, intersymbol interference (ISI), or degradation of antialiasing ability. These challenges are extremely
difficult to tackle simultaneously without consuming excessive
power. This paper proposes a Gm-C DSM with a combined RC
and switched-capacitor LPF frontend stage to achieve a high
performance against aliasing, clock jitter, and ISI simultaneously
while having an extremely low power consumption. Transistorlevel simulations on an audio band modulator and a 10-MHz
bandwidth modulator are given, verifying the high immunity
of the proposed circuit to clock jitter, ISI, and aliasing while
attaining a power efficiency up to 7.4 fJ/conversion step.
Index Terms— Antialiasing, clock jitter, continuous-time
(CT) Delta–Sigma modulator (DSM), Gm-C integrator, lowpower analog-to-digital converter.

I. I NTRODUCTION

D

ELTA–SIGMA modulators (DSMs) have been applied in
a variety of electronic products from biomedical devices
with a narrow frequency range of dozens of Hertz to wireless
communication networks with a bandwidth up to tens of megahertz or higher. Oversampling and spectral shaping of quantization noise allow a modulator to use low-quality components,
such as amplifiers with low gain and comparators with relaxed
offset, to achieve high resolution. There are mainly two types
of implementations: discrete-time (DT) DSMs and continuoustime (CT) DSMs. CT DSMs are attractive due to their constant
input impedance, antialiasing feature and relaxed bandwidth,
and the slew-rate requirement of amplifiers compared with
their counterparts implemented by switched-capacitor (SC)
circuits. A constant input impedance gets rid of the signaldependent charge injection associated with an SC input, makes
the input current smoother than the rapidly changing current
pulses in an SC input, thereby reduces the power of the input
buffer, contributing to the reduction of the power of the whole
system. The antialiasing ability leads to the elimination of the
frontend filters, which also saves power for the whole system.
A pure Gm-C implementation presented in [1] achieves very
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high resolution but has a very limited input range. In [2],
a resistor input and a multibit feedback DAC are proposed to
realize a subtractor to generate a rough virtual ground before
the Gm-C integrator, but a source-degenerated transconductor
is still needed to enhance the linear input range, which greatly
degrades the power efficiency of the Gm-C loop filter. Recent
publications [3]–[8] point out that applying a passive RC lowpass filter (LPF) in a CT DSM can significantly improve its
power efficiency by attenuating the swing of the error signal
to its first and most crucial active integrator.
On the other hand, CT DSMs suffer from clock jitter [9] and
intersymbol interference (ISI). These problems become more
pronounced in high-resolution and wide bandwidth designs.
Traditional methods to reduce the sensitivity to clock jitter
include the use of SC DACs [10]–[12] and the finite-impulse
response (FIR) DACs [13], [14]. An SC DAC possesses
high immunity to clock jitter because the aperture uncertainty only affects the small tail of the SC current pulses.
However, the steep current pulses increase the output settling requirements of the first amplifier to extremes, thereby
significantly increasing the power consumption. Moreover,
the conventional SC DAC degrades the antialiasing ability,
a fundamental advantage of CT DSMs [15], because of the
sampling operation at the virtual ground of the first amplifier.
The FIR DAC approach, despite its success in jitter reduction,
requires a second FIR filter to maintain the loop stability,
increases the total load resistance (when the DAC is resistive
loaded) by a factor of 2N 2 (N is the number of FIR taps),
draws dynamic power consumption in its driving circuits, and
is still sensitive to ISI [13], [14] when the non-return-tozero (NRZ) signaling is applied.
The ISI in a single-bit DAC results from the asymmetrical
rise and fall times of the DAC’s output waveform. The
effect of ISI in an NRZ DAC can be reduced by calibration
approaches and ISI error shaping methods [16], [17]. However,
they are complex circuits and consume extra power. Another
approach to the ISI problem is to use a return-to-open (RTO)
DAC [18] or a return-to-zero (RZ) DAC [19], [20]. However,
to keep the same full-scale value, an RZ/RTO DAC needs
to increase the height of feedback current pulses, which
increases the power consumption of the amplifier to retain the
same linearity. In addition, the widely used rectangular-shape
RZ DAC is more sensitive to clock jitter than an NRZ DAC.
The problems of clock jitter, ISI, and aliasing are extremely
difficult to tackle simultaneously without consuming excessive power. In this paper, a new single-bit CT DSM is
proposed with high-power efficiency and high immunity to
clock jitter, ISI, and aliasing at the same time. The
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CT DSM has a combined passive RC and SC LPF frontend
stage followed by a transconductance-C (Gm-C) loop filter.
To demonstrate the effectiveness of the proposed structure,
two modulators are designed: one with an audio bandwidth
(25 kHz) and the other a wider bandwidth (10 MHz) for
mobile wireless receiver applications. Transistor-level simulations show that the audio band design achieves 95dB signal-to-noise-and-distortion ratio (SNDR) with 49 μW
in a 0.18-μm CMOS, corresponding to Walden’s figureof-merits (FoMW ) of 21.3fJ/conversion step; the wideband
(10 MHz) example achieves 81-dB SNDR while consuming 1.36 mW in a 65-nm CMOS, corresponding to
an FoMW of 7.4fJ/conversion step.
The rest of this paper is arranged as follows. Section II
reviews the linearity improvement in a single-bit CT DSM
by a frontend passive LPF. Section III presents the proposed
Gm-C DSM circuit architecture. Effects on jitter, ISI, aliasing
rejection (AR), and thermal noise are analyzed and simulated
in Sections IV–VII, respectively. Section VIII illustrates the
detailed designs of the two modulators and their transistorlevel simulation results. Conclusions are drawn in Section IX.
II. I MPROVED L INEARITY IN S INGLE -B IT CT DSMs
W ITH A F RONTEND PASSIVE LPF
In this section, we give a new explanation to the quantization
noise folding mechanism in a single-bit CT DSM and review
the improvement of linearity by a frontend passive LPF.
This provides a background to the modulator proposed
in Section III.
Fig. 1(a) shows a variation of the conventional third-order
single-bit CT DSM structure with the topology of the cascade
of integrators feedforward and feedback (CIFF-B) [13] for
discussion. The CIFF-B topology is power efficient as it
inherits the advantage of the small internal signal swing of the
feedforward topology. It also inherits the advantage of small
peaking in the signal transfer function (STF) of the feedback
topology. A proportion integrator (PI), i.e., the (k1 s + 1/s)
block, is adopted here for power-efficient compensation of
a half-sampling-period loop delay (z −0.5 ) that is purposely
built to allow a sufficient settling time for the quantizer. The
transfer function of the loop filter, from the output of the
DAC to the input of the quantizer, is k1 k3 +(k3 + k1 k2 g1 /s)+
((k2 + k1 k0 )g1 /s 2 ) + (k0 g1 /s 3 ), when the nonlinearity of the
first integrator is not considered.
The first operational transconductance amplifier (OTA) in
the modulator consumes the largest portion of power since it
needs to handle the rapidly varying feedback signal. Now, let
us consider the nonlinearity in the voltage-to-current conversion f (ε) function in the first active integrator, and represent
f (ε) by a polynomial function given by
f (ε) = g1ε − g3 ε3
ε = VIN − VF

(1)
(2)

where VIN and VF are the input and feedback signals respectively, and ε = VIN − VF , as indicated in Fig. 1(a). Only
the first- and third-order terms are included, assuming that the
nonlinear f (ε) is weak and the even-order terms are canceled

Fig. 1.
Third-order CT DSMs with (a) simple single-bit approach;
(b) 3-bit quantizer; (c) single-bit quantizer and a seven-tap FIR NRZ DAC;
and (d) single-bit quantizer and an LPF. Nonlinearities in the first active
integrators are modeled.

in a differential implementation. Two adverse results will be
caused due to the nonlinear integrator: harmonic distortion and
quantization noise folding.
A general understanding is that since the out-of-band quantization noise in a simple single-bit DAC is much greater than
that in a multibit DAC or a single-bit FIR DAC, the quantization noise folded to the signal band should be much higher
in the simple single-bit DAC. However, this is not true as
analyzed below. A mechanism of quantization noise folding
exists in the simple single-bit DAC, which is different from
that in a multibit modulator [21], [22], and a single-bit FIR
DAC. The adverse effects come from the ε3 term
ε3 = (VIN − VF )3
3
2
= VIN
− 3VIN
VF + 3VIN VF2 − VF3 .

(3)

Let VIN be Acos(2π f 0 t). Equation (3) becomes
2

ε3 = A3 cos(2π f 0 t)3 − 3 A2 cos(2π f 0 t) VF
+ 3 Acos(2π f0 t)VF2 − VF3
= (3 A + 0.75 A3) cos(2π f0 t)
+ 0.25 A3 cos(3 · 2π f 0 t)
− (1.5 A2 + 1)V F
− 1.5 A2 cos(2 · 2π f 0 t)VF .

(4)

The single-bit output VF only has two possible values, denoted
as +1 and −1 without loss of generality. Hence, VF3 = VF .
Thus, the VF3 term does not cause quantization noise (contained in VF ) to change in frequency. By contrast, in a multibit modulator where VF3 is not linearly proportional to VF ,
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the VF3 term will lead to a third-order harmonic and quantization noise folding. Back to the single-bit case, since VF2 = 1,
the term 3cos(2π f0 t)VF2 becomes 3cos(2π f0 t), merely a signal component. The term cos(3 · 2π f 0 t) in (4) is the generated
the third harmonic. The term cos(2 · 2π f 0 t)VF in (4) will
also result in quantization noise shifting and third harmonic
distortion. In the frequency domain, it is
π{δ( f − 2 f 0 ) + δ( f + 2 f 0 )} ∗ VF ( f )

(5)

where ∗ is the convolution operator and δ( f ) is the impulse
function in the frequency domain. Some quantization noise in
VF will be shifted into the baseband after VF convolving with
{δ( f − 2 f 0 ) + δ( f + 2 f 0 )}. In addition, the signal component
in VF is shifted to frequency 3 f 0 , another component of the
third harmonic. From (1) and (4), the third harmonic distortion
(HD3 ) normalized to the signal magnitude is given by


0.25g3 A2
.
(6)
HD3 = 20log10
g1
For a Gm-C integrator, the source degeneration [23] is a
common technique to suppress the nonlinearity by introducing
a local negative feedback. However, the linearity improvement
comes at the expense of sacrificing the effective transconductance by a factor of g1 Rdeg . This, in turn, increases the input
referred thermal noise power by a large factor of (1+g1 Rdeg )2
[5]. Thus, source degeneration is power inefficient.
The large error signal ε at the input of the first active
integrator in Fig. 1(a) is the reason that its nonlinearity
becomes a problem. A multibit quantizer reduces the error
signal magnitude effectively [2], so does a single-bit FIR DAC
approach [13], [14]. The third-order CIFF-B modulators with
a multibit quantizer and a single-bit FIR DAC are shown
in Fig. 1(b), which is similar to the structure in [2], and
Fig. 1(c), respectively. Another approach to suppress the error
signal feeding to the first active integrator is to use a passive
LPF after a single-bit DAC, as applied in the active RC
DSMs in [6]–[8]. This approach can be applied to Gm-C
modulators as well. An LPF version of Fig. 1(a) is shown
in Fig. 1(d) for a Gm-C implementation. At the node ε
in Fig. 1(d), VIN and VF cancel out each other and the highfrequency quantization noise is filtered out, so the error signal
ε feeding to the first active integrator is very small. When the
first Gm-C integrator deals only with a small ε, its linearity
requirement can be easily met without consuming excessive
power. The passive LPF also realizes a pole of the loop filter,
reducing one active integrator, which further reduces the power
consumption. A consequence of this is a reduction of the
modulator’s loop gain as the passive LPF does not provide
gain. However, in such an architecture, the remaining two GmC integrators, which have purely capacitive load, can easily
provide a total dc gain of 60 dB, which is much greater what
is necessary, i.e., the over sampling ratio (OSR) value.
To show the effect of the nonlinearity of the first active integrator in various structures in Fig. 1, behavioral simulations
are conducted. The output of the first active integrator in each
of the DSMs in Fig. 1 is modeled by
g1 ε − g3 ε 3
s

(7)

Fig. 2. Behavior simulation results of the integrator nonlinear effects in
the third-order CT DSM with (a) simple single-bit DAC [Fig.1(a)]; (b) 3-bit
DAC [Fig. 1(b)]; (c) single-bit seven-tap FIR NRZ DAC [Fig. 1(c)];
and (d) single-bit DAC with a frontend LPF [Fig. 1(d)] under the same
nonlinearity in their first Gm-C integrators. A 65 536-point FFT is used.

where ε is the integrator input, g1 = 1 and g3 = 0.01.
Fig. 2 compares the simulated output power spectral densities
(PSDs) with a −6-dB sinusoidal input. Fig. 2(a) is the result
of the modulator with the simple single-bit DAC [Fig. 1(a)],
where a third harmonic of −62.6 dBc appears at the output,
which is close to the value −64.08 dB calculated from (6).
The folding of quantization noise to the signal band is not
observable. By contrast, the modulator with the 3-bit DAC
[Fig. 1(b)] has clearly observable quantization noise folding
to the baseband, as shown in Fig. 2(b). As the output of the
seven-tap (eight levels) FIR DAC in Fig. 1(c) is similar to the
output of the 3-bit DAC, the same quantization noise folding
effect exists in the FIR DAC. Fig. 2(c) shows the output PSD
of the modulator with the single-bit seven-tap FIR NRZ DAC.
Its in-band folded quantization noise level is similar to that of
the 3-bit DAC case. Compared with the simple single-bit DAC,
both the multibit DAC and the FIR NRZ DAC can greatly
reduce the harmonic distortion, but significantly worsen the
quantization noise folding.
The structure of Fig. 1(d) outperforms the other three
structures when it comes to suppressing the nonlinearity from
the first active integrator. Its behavioral simulation result is
given in Fig. 2(d), with both the quantization noise folding
and signal harmonics being not observable.
The structure of Fig. 1(d) is similar to that in our earlier
work described in [5], with the topological difference that the
FIR DAC is used in [5] (to address the problem of clock jitter).
As in other DSMs with an FIR DAC, a substantial amount of
power is consumed in the FIR DAC and its compensating
FIR DAC. In addition, the subtraction of the feedback from
the input is performed by an active circuit in [5] while by a
passive circuit in this paper. Their frontend stage circuits are
also different as detailed in Section III. The new circuits in
this paper result in an improved power efficiency while being
highly immune to clock jitter, ISI, and aliasing.
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from VF to ε is
C1

C1
ε(z)
α
C 1 +C P
=
, α=
=
.
C P −C 1
VF (z)
z
−
(1
−
2α)
C
1 + CP
z − C1 +C P

Fig. 3. (a) Proposed Gm-C CT DSM with an RSC LPF front end, where
V is the digital output data, V F is the feedback signal, DAC2 is a current
steering DAC. (b) RC LPF. (c) RSC LPF alone.

III. P ROPOSED GM-C DSM W ITH A C OMBINED
RC AND SC LPF F RONTEND
In spite of its high linearity, the CT DSM of Fig. 1(d)
suffers from clock jitter and ISI in circuit implementation.
In this section, we present a frontend circuit to address these
problems.
The proposed Gm-C CT DSM circuit architecture is shown
in Fig. 3(a). The PI bock (k1 s + 1/s) in Fig. 1(d) is realized
by gm2 , R E , and C3 , where the excessive loop delay is compensated by R E and requires no additional active circuit. The
dash-boxed part is a combined SC (for the feedback signal)
and RC (for the input signal) LPF, short-handed as RSC-LPF.
The RSC-LPF makes the Gm-C modulator immune to clock
jitter, ISI, and aliasing while achieving a high power efficiency.
To appreciate the development of the RSC-LPF, let us start
with the approach of using an RC LPF for both the input and
feedback signals, as shown in Fig. 3(b). The transfer function
of this circuit is given by
1
ε(s)
=
VIN (s)
2 + s Rin C P

(8)

where the pole location of the LPF is determined by
the Rin C P constant. By balancing the tradeoff between the
in-band quantization noise and thermal noise, placing the
pole at the signal band edge is a proper choice [8]. The
resistive path for the feedback can implement an NRZ or
RZ DAC, however, being sensitive to clock jitter. To suppress
the effect of clock jitter, R f is replaced with a capacitor C1
switched at the sampling frequency f s , as shown in Fig. 3(c).
Normally, R f equals Rin . The choice of their values is
discussed in Section VII. When f  f s , i.e., in the signal
band, the switched capacitor C1 emulates a resistor of value
Req = Ts /C1 , where Ts = 1/ f s . The transfer function
from VIN to ε is still given by (8) in the signal band. There
are tiny differences at multiples of the sampling frequency,
which will be explained in Section VI. The transfer function

(9)

Equation (9) is equivalent to (8) when f  f s under the
condition of Ts = Rin C1 . A very small signal ε is left for
the subsequent open-loop Gm-C integrator to handle, freeing
it from linearity and slew-rate constrains to save power.
A fundamental difference exists between the proposed
RSC-LPF approach and the SCR DAC approach [11], which
looks similar. The SCR DAC must be assisted by a closedloop OTA and thus imposes settling requirements on the OTA.
By contrast, in the proposed approach, the charging and
discharging of C1 in the SC DAC does not involve the OTA,
and thus does not impose any settling requirements on it. This
leads to a significant improvement in power efficiency.
In Fig. 3(a), the speed of charge redistribution between
C1 and C P is determined by the ON-resistances of the
switches. The transistors realizing the switches can be sized
to minimize their ON-resistances, as the charge injection is
not an issue for the following reason. Since VF has only two
possible values and ε is nearly a virtual ground, for either
the level of VF , the amount of the charge injected from the
switches is fixed. The switch charge injection only results in
an offset or gain error but not nonlinearity.
The values of Rin , C1 , and C P can be determined with the
following procedures.
1) The ratio between the full ranges of the input and the
feedback is fixed. Normally Rin = Req is chosen for
equal input and feedback ranges.
2) The value of Rin is determined by the thermal noise
requirement based on (28) in Section VII.
3) By Rin C P = (1/2π · BW), where BW is the signal
bandwidth and C P is found.
4) By Ts = Req C1 = Rin C1 , C1 can be derived.
A mismatch between Rin and R f (=Ts /C1 ) of the feedback
SC causes a change in the pole frequency of the LPF for both
VIN and VF (by the same proportion). The result is only a
scaling of VIN with respect to VF . Simulations have validated
that the modulator can tolerate a ±40% mismatch between
Rin and Req without significant performance degradation.
When the modulator loop works normally, the node ε in
Fig. 3(a) with a small swing can be regarded as a virtual
ground. Thus, the load to the preceding stage of the modulator
can be regarded as a purely resistive of value Rin . On the
other hand, before the modulator loop is locked, which is
a negligibly short period, the feedback signal VF does not
cancel the input signal and the node ε is not a virtual ground.
The input impedance is (1 + s Rin C P )/sC P , which has the
magnitude always larger than Rin and is easier to drive.
In Sections IV–VII, we present the analysis and simulations
of the proposed circuit’s performance against clock jitter, ISI,
aliasing, and thermal noise respectively.
IV. A NALYSIS AND S IMULATIONS ON C LOCK J ITTER
Various DAC signaling schemes have been reported for
CT DSMs. The NRZ DAC and RZ DAC are most widely
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Fig. 4. Waveforms of (a) ideal clock; (b) practical clock with jittering edges;
(c) NRZ DAC; (d) rectangle RZ DAC; (e) dual RZ DAC; and (f) SC DAC.

used and their jitter effects are analyzed in [25]–[27]. Based
on them, some more complex DAC structures, such as FIR
NRZ DAC, FIR RZ DAC, and FIR Dual RZ DAC, can be
built. In this section, we compare these complex DAC schemes
with the proposed scheme in terms of performance against
clock jitter, which refers to the time uncertainty t of the
transition edges of a clock signal as illustrated in Fig. 4(a)
and (b). At the end of this section, behavioral simulations are
reported to validate the analysis.
A. Switched-Capacitor DAC
The SC DAC is highly immune to clock jitter, which only
affects the tiny tail of the exponentially decaying SC current
pulse, as illustrated in Fig. 4(f). The error due to jitter in a
sample period Ts is modeled as
t − Ts
e 2τ
(10)
τ
where τ is the RC constant in the feedback path, and n is
the sample index. The magnitude of the peak current of the
SC DAC is (Ts /τ ) times of that of the NRZ DAC. With the
method used in [26], the in-band jitter-induced noise power is
calculated as
 σ 2 e− Tτs
t
Pj ≈
(11)
τ
OSR
where σt is the standard deviation of the Gaussian
process t.
The proposed DAC inherits this jitter immunity. Besides,
in the proposed DAC, τ can be sized to be very small without
affecting the settling requirement of the open-loop Gm circuit,
which is different from the conventional SCR DAC approach
as discussed in Section III. A conservative design example
is that when τ = (1/12)Ts , the jitter-induced in-band noise
power will be 40 dB lower than that of the NRZ DAC.
e j [n] = v[n]

5

Fig. 5. Semidigital realization of (a) FIR NRZ DAC; (b) FIR RZ DAC; and
(c) FIR Dual RZ DAC.

B. Finite-Impulse Response Non-Return-to-Zero DAC
The spirit of canceling jitters in coherent clock edges in
the dual RZ DAC [28] can be extended by increasing the
number of sub-DACs. The FIR NRZ DAC [13], [14] can be
regarded as one example of such an extension. A semidigital
realization of this configuration is illustrated in Fig. 5(a) with
an N-tap FIR filter and the waveform at the output of one tap
is shown in Fig. 4(c). To have a fixed value of the feedback
current integrated over a clock period, the weight of each tap
is halved and the resistance value for each tap is doubled when
N doubles. The error caused by jitter on the falling edge of
a tap is canceled by that on the rising edge of the following
tap, as the clocks of these taps are coherent. When the jitter
caused errors in all taps are summed up, only the errors from
the rising edge of the first tap and the falling edge of the last
tap remain, and the aggregated jitter-induced error is
e j [n] = (v[n] − v[n − N])

t 1
· .
Ts N

(12)

Since the quantization noise is a wide-sense stationary
process, the variance of (v[n]−v[n − N]) is the same with that
of (v[n] − v[n − 1]). Hence, the jitter noise power here is N 2
times smaller than the NRZ DAC in Fig. 4(c). For example,
with N = 12, the jitter noise power is reduced by 21.6 dB in
the FIR NRZ DAC.
The downsides of the FIR NRZ DAC are associated with the
FIR filter and the extra circuitry needed to retain the stability
of the modulator. The stability of the loop is damaged, as the
FIR filter introduces extra poles in the feedback path, and a
compensation FIR filter path with the same number of taps is
necessary to maintain the stability. Assume the approach of
a resistive DAC is used in each tap, which is less noisy and
more linear than a current steering DAC. The two FIR filters
will increase the total resistance value by a factor of 2N 2 .
In addition, the power consumption of driving circuits for
the FIR filters is another expense. Furthermore, as the
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compensation FIR filter does not have even tap weights, its
jitter effect cannot be ignored [5].
C. FIR RZ/Dual RZ DAC
The RZ DAC with a rectangular pulse shape, illustrated
in Fig. 4(d), which is originally designed to tackle the ISI problem, is more sensitive to clock jitter because of more transition
edges and a higher pulse amplitude compared to those in
the NRZ DAC. The jitter-induced error in a sample period
is modeled by


t1
t2
e j [n] = 2 · v[n]
+
(13)
Ts
Ts
where t1 and t2 are the time uncertainties of rising and
falling edges of the sampling clock, respectively.
The dual RZ DAC [28] is an ingenious DAC style combining two RZ DACs 180◦ out of phase, as shown in Fig. 4(e),
which achieves the same jitter insensitivity as the NRZ DAC.
To eliminate ISI, the FIR filter can be used in combination
with an RZ DAC or a dual RZ DAC based on the principle
of superposition. This is an advantageous approach that has
not yet been popularly adopted in reported CT DSMs. The
configuration of the FIR RZ DAC is shown in Fig. 5(b).
Summing the errors in all the N taps together, the result
is
2
e j [n] = (v[n] + v[n − 1] + · · · + v[n − N + 1])
N


t1
t2
·
+
. (14)
Ts
Ts
Since the correlation among the sequence of the output data is
very weak, the variance of v[n] + v[n − 1] + · · ·+ v[n − N + 1]
is approximately equal to N times the variance of v[n]. The
in-band jitter noise is


8
σt 2
.
(15)
Pj =
Ts
OSR · N
Equation (15) indicates that its in-band jitter power is reduced
by 10log10(N) compared with that of the RZ DAC. However,
this jitter insensitivity is not as good as that of FIR NRZ DAC.
As analyzed earlier, the Dual RZ DAC is equivalent to the
NRZ DAC in terms of jitter effects. Therefore, the FIR dual
RZ DAC, shown in Fig. 5(c), is equivalent to FIR NRZ
DAC in terms of jitter performance, and its jitter insensitivity
will be improved by 20log10(N) compared with that of the
NRZ DAC. However, the power expense is heavy, as the
driving circuit of the FIR RZ DAC or dual RZ DAC is more
complicated than that of the FIR NRZ DAC.
We have constructed behavioral models to simulate the
performance of a CT DSM employing these different DACs
against a 0.1%Ts (rms value) clock jitter. Fig. 6 shows their
output PSDs. The use of an FIR filter can greatly improve
clock jitter immunity. The FIR dual RZ DAC is equivalent
to the FIR NRZ DAC, and they are both better than the
FIR RZ DAC. Of the various DAC styles and schemes,
the proposed technique (represented by the SC DAC) has the
best performance to endure clock jitter.

Fig. 6. Comparison of jitter sensitivity: behaviorally simulated output PSDs
of the CT DSM with the SC DAC, the 12-tap FIR Dual RZ DAC, the FIR
NRZ DAC, or the FIR RZ DAC. Simulations are conducted with a 0.1% Ts
clock jitter and everything else being ideal. A 65 536-point FFT is used.

Fig. 7.

Illustration of ISI errors.

V. A NALYSIS AND S IMULATIONS ON ISI
For the NRZ DAC, the asymmetry between rising and
falling edge pollutes the inherent linearity of the singlebit DAC. In a typical circuit implementation, a p-channel
transistor drives the rising edges of the DAC and a n-channel
transistor drives the falling edges. A difference of driving
capability between the p-channel and n-channel transistors is
inevitable because of process variations. Moreover, the charging and discharging of parasitic capacitance make this situation
worse. Fig. 7 illustrates the ISI error. The normalized actual
output v  [n] of the DAC with errors at the edges is given by
v  [n] = v[n] − e01 (1−v[n − 1])v[n] + e10 v[n − 1](1 − v[n])
= (1 − e01 + e10 )v[n] − e10 (v[n] − v[n − 1])
+ (e01 − e10 )v[n − 1]v[n]

(16)

where e01 denotes the absolute value of the error caused by
the nonideal rising edge normalized to the ideal DAC output
integrated over a sample period, and e10 represents that for
the falling edge. The first in the above equation is a gain term
and the second term is a differentiator, both being linear. The
last term is nonlinear and is the ISI [29]
ISI[n] = (e01 − e10 ) · v[n − 1]v[n].

(17)

The ISI will disappear only when e10 = e01 . A balanced
differential structure has e10 very close to, but not exactly
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the same as, e01 due to the inevitable mismatches among
transistors.
The output of the modulator V [n] is mainly composed of
the signal component, represented by As cos[2π f 0 n], and the
spectrally shaped quantization noise, E[n]. The ISIterm in (17)
is expanded as
v[n − 1] · v[n] = (As cos[2π f 0 (n − 1)] + E[n − 1])
· (As cos[2π f 0 n] + E[n])
2
∼
= A2s (cos[2π f 0 n])

+ As cos[2π f 0 n](E[n] + E[n − 1])
+ E[n − 1]E[n]

(18)

where the approximation cos(2π f0 n) ∼
= cos(2π f 0 [n − 1]) is
applied for f0  f s . The term (cos[2π f 0 n])2 contains a
dc component and a second-order harmonic (cos[2π ·2 f 0 n])/2.
In a closed loop, the resulted second harmonic distortion
will generate higher even-order harmonics, but they will
be far smaller and are not analyzed here. The power of
the second-order harmonic, normalized to the signal power,
is



(e01 −e10 )· A2s (cos[2π · 2 f 0 n])/2
HD2 = 20log10 RMS
As (cos[2π f 0 n])
= 20log10(As (e01 − e10 )) − 6.02dB.

(19)

The termE[n − 1]E[n] in (18) causes quantization noise folding. The term As cos [2π f 0 n](E[n] + E[n − 1]) also results in
quantization noise folding. Let v[n] take the binary value of
either VDD or −VDD . The power (mean squared value) of the
2 . The power of the quantization noise
output v[n] is thus VDD
2 , since
at the output of the modulator is upper bounded by VDD
the power of the output data is dominated by the quantization
noise. As the frequency representation ofE[n] is periodic,
the frequency spectrum of E[n − 1]E[n] can be derived by
circular convolution, which is

e− j ω 2π
jω
E(e j θ )E(e j (ω−θ))dθ
(20)
See (e ) =
2π 0
2 . Assuming the OSR is
where for ω = 0, |See (e j 0)| ∼
= VDD
j
ω
very large, the See (e ) does not change too much in the signal
band. The power of the folded quantization noise in the signal
band is approximately equal to
 2π
(e01 − e10 )2 OSR
|See (e j 0 )|2 dω
IBNq ≈
2π
0
4
(e01 − e10 )2 VDD
.
(21)
OSR
The FIR NRZ DAC is a popular DAC style and its ISI performance is analyzed in the following.
The error term (e01 − e10 ) in (16) for an NRZ DAC can
be regarded as a random variable of zero expected value
and standard deviation σe . Denote the error term (e01 − e10 )
of the i th path of the N-tap FIR NRZ DAC as ei , i =
1, 2, . . . , N. All ei are identical and independent random variables of the zero expected value and standard deviation σe /N.

=

Fig. 8. Behaviorally simulated modulator output PSDs for ISI comparison.
Simulations are conducted with asymmetric rising and falling edges in the
clock signal and DFFs while everything else is ideal. A 65 536-point FFT is
used.

Based on (16), (17), and OSR  N, the aggregated ISI error
in the FIR NRZ DAC with an input signal of As cos[2π f 0 n]
is
ISI[n] = e1 v[n − 1] · v[n] + e2 v[n − 2] · v[n − 1]
+ · · · · · · + e N v[n − N] · v[n − N + 1]
2

≈ {A2s (cos[2π f 0 n]) + As cos [2π f 0 n](E[n]
+ E[n − 1]) + E[n − 1]E[n]}
· (e1 + e2 + · · · · · · + e N ).

(22)

The random variable sum (e√
1 + e2 + · · · · · · + e N ) has a
standard deviation of (σe /N) N , which is smaller than σe .
Therefore, the FIR NRZ DAC is less sensitive to ISI than
the NRZ DAC. Calculation results show that the probabilities
of the total ISI error effects (including harmonic distortion
and quantization noise folding) of seven-tap FIR NRZ DAC
being 6 and 3 dB less than those of the single-bit NRZ DAC
are 67% and 87.4%, respectively.
The proposed scheme in Fig. 3 does not have the ISI problem because the feedback DAC belongs to the SC type, which
can be regarded as a kind of RZ DAC. In order to observe the
improvement of the proposed technique against ISI, asymmetrical rising and falling edges are deliberately built in the singlebit NRZ DAC, the seven-tap FIR NRZ DAC, as well as in the
driving clock pulses and D-flip-flops (DFFs) of the proposed
DAC structure. Fig. 8 shows the output PSDs when the
three DAC structures are employed in the modulator. For the
NRZ DAC case, the ISI results in a dc offset, a second-order
harmonic, and quantization noise folding, which verify (19)
and (21). The performance of the seven-tap FIR NRZ DAC
follows statistic calculation. This example shows that it can
slightly reduce the ISI error. By contrast, in the proposed
technique, the effect of ISI is not observable at all. The
proposed technique is thus suitable for applications that require
an extremely high resolution. As mentioned in Section V,
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the FIR dual RZ DAC is insensitive to ISI as well as clock
jitter, but demands heavy dynamic power consumption in its
extra circuitry.
VI. A NALYSIS AND S IMULATIONS ON A LIAS R EJECTION
A fundamental advantage of CT DSMs over their DT counterparts is their antialiasing feature, as the sampling operation
is moved from the input of modulator to the input of the
quantizer. The high-frequency components are attenuated by
the CT low-pass loop filter before being sampled. Moreover,
the STF of a CT DSM has notches at multiples of the
sampling frequency, which further improves its antialiasing
capability.
However, if the traditional SC (or SRC) DAC is employed,
this advantage is polluted [15], [24]. The traditional SC DAC
relies on the virtual ground produced by a closed-loop OTA
to transfer charge to the integrating capacitor. A practical
OTA has a finite bandwidth and slew-rate. Its virtual ground
is not perfect and contains signals at the system sampling
frequency. It is shown in [15] and [24] that the AR, defined
as the attenuation ratio of the interference signal before and
after being folded into the baseband, of the conventional
active RC DSM with an SC DAC is limited to 1/(G m fs Rin ),
where Rin is the modulator’s input resistance and G m fs is
the effective transconductance of its OTA at f s . A multistage
OTA does not help, which has high effective transconductance
only at a low frequency but not at f s . Generally, the product
G m Rin is no more than 10 as constrained by the requirements
of power consumption and thermal noise. Thus, the AR of a
CT DSM with the conventional SC DAC is up to 20 dB only.
It is reported in [24] that a dual SC DAC can increase AR
at odd multiples of fs , but not even multiples. In summary,
the insensitivity to clock jitter of the conventional SC DAC
comes at the expenses of power consumption and antialiasing
ability.
By contrast, as analyzed in the following, the proposed
CT DSM can retain a high AR despite the inclusion of
an SC DAC. Referring to Fig. 3(a), the error signal ε is
sensed, but not affected, by the open-loop Gm-C integrators.
The swing of ε is independent of the Gm-C integrators.
The purely CT nature of the Gm-C loop filter makes it free
from aliasing generation. Thus, one can perform the alias
analysis of the entire modulator by only looking at the frontend
passive RSC-LPF, which is separately shown in Fig. 3(c).
The passive RSC-LPF is a linear time-variant circuit.
It is the periodic perturbation introduced by the SC path
that causes an aliasing effect. As it is linear, the superposition principle holds. To simplify the analysis, the feedback
signal VF is set to zero first. Let VIN be a sinusoidal signal located near multiples of f s , which is represented by
cos(2πk f s t + 2π f t), where  f  fs and k is a positive
integer. Since C P  C1 , the transfer function from VIN to
ε can be represented as 1/(2 + s Rin C P ) for frequencies up
to several times f s . At the node ε, the high-frequency signal
is attenuated by (1/2 + j 2πk( f s +  f )Rin C P ). Meanwhile,
the SC path samples ε at the rate of fs . Neglecting the
ON -resistance of switches, the charge redistribution between
C1 and C P happens instantaneously. Hence, the charge

sampled onto C1 is
Q(t) = C1 ·

∞


δ(t − nTs )ε(t)

n=−∞





1
 · C1
= 
2 + j 2πk( f s +  f )RC P 
∞

·
δ(t − nTs )cos(2πk f s t + 2π f t + θ )

 n=−∞


1
 · C1
= 
2 + j 2πk( f s + f )RC P 
·

∞


cos(2πk f s nTs + 2π f nTs + θ )

n=−∞





1
 · C1

=
2 + j 2πk( f s + f )RC P 
∞

·
cos(2π f nTs +θ )

(23)

n=−∞

where θ = − tan−1 (π(k f s +  f )RC P ). It indicates that the
interferer at k f s +  f is folded to  f in the baseband.
The charge Q transferred from the node ε to C1 with
VF = 0 means a charge amount of Q must be injected from a
nonzero VF to ε as the modulator’s loop forces ε to zero
in the baseband, resulting in VF = |1/{2 + j 2πk( f s +  f )
Rin C P }| cos(2π f t + θ ). The transfer function of the
feedback path is given by (9), which is identical to that of the
input path at low frequencies. Therefore, AR of this structure
is given by
AR = |2 + j 2πk( f s +  f )Rin C P | ∼
= 2πk f s Rin C P .

(24)

The AR is larger at higher multiples of f s . For example, with
OSR = 256 and the pole location of the LPF at the edge
of signal bandwidth, i.e., Rin C P = 2 · OSR/(π f s ), the ARs
are 60, 66, and 72 dB at fs , 2 f s , and 3 f s , respectively. The
AR is significantly better than that of a CT DSM with the
conventional SC DAC. The AR analysis is also applicable to
the structure proposed in [30], where passive integrators with
SC DAC are used.
To verify the theoretical result of (24), transistor-level
simulations have been conducted on the third-order CT DSM
with an OSR of 256. The results for the proposed
RSC-LPF front end and the conventional SC DAC approach
are compared in Fig. 9. The input signal contains two tones
of the same magnitude: one at the baseband and the other
around f s . The ratio between the two tones in the output
baseband is the AR value. The simulated AR of the proposed
method is 60 dB at f s , which agrees with (24). By contrast,
for the conventional SC DAC approach, the AR is only 14 dB
under the same requirements of input referred thermal noise
and power consumption for the first OTA. The AR of the
conventional approach can be improved by increasing the
power of the first OTA by 400 times to obtain 60-dB AR,
which is unrealistic.
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Fig. 9. Simulated modulator output PSDs for alias rejection comparison.
Simulations are conducted with an input at the normalized angular frequency
of 2π + 0.006 appearing together with a baseband signal of the same
magnitude. A 65 536-point FFT is applied.

Fig. 10.

AR improvement circuit with two equal resistors RAR .

A. Circuit for Even Higher Alias Rejection
If an AR higher than 60 dB at f s is desired, the combined
RSC-LPF structure with a higher RC filter order is proposed,
as shown in Fig. 10. The two inserted resistors RAR do not
affect the transfer functions of the LPF, which are identical
to (8) and (9). However, this configuration separates the
point Vx (where aliasing happens) from ε. As a result, highfrequency interferers need to go through the second-order LPF
before the sampling operation at Vx . Therefore, the AR can
be improved, which can be derived as follows:
AR = |(2 + j 2π(k f s +  f )Rin C P )
· (1 + j π(k f s +  f )RAR C P )|
∼
= 2π 2 (k f s +  f )2 Rin RAR C 2P .

(25)

There are two side effects in this AR enhancement approach.
First, the thermal noise will increase due to the two added
resistors RAR . To mitigate this effect, RAR is sized as 20%
of Rin so that the noise floor is not increased substantially.
The second side effect is due to the signal component at
Vx (see Fig. 10). As Vx is separated from ε and the signal
component is not canceled at Vx , the charge injection of
the switch ϕ2 is signal dependent. To overcome this problem, bootstrapped switches can be applied to fix Vgs of the
switch ϕ2 .
Fig. 11 shows the transistor-level simulated results where
the RSC-LPF of Fig. 10 is applied and bootstrapped switch ϕ2

9

Fig. 11. Simulated modulator output PSDs for alias rejection comparison
between the RSC-LPF method and the improved method that has two inserted
resistors RAF . Simulations are conducted with an input at the normalized
angular frequency of 2π + 0.006 appearing together with a baseband signal
of the same magnitude. A 65 536-point FFT is applied.

is used. The value of RAR is 20% of Rin . The AR is
improved from 60 to 100 dB for k = 1, which agrees
with (25). As the 60-dB AR of the original approach
(see Fig. 11) is sufficient in most applications, the analysis and
design presented subsequently are still based on the structure
of Fig. 3(c).
Compared with the conventional SC DAC in active
RC DSMs, the proposed technique improves the AR from
20 to 60 dB (or 100 dB using the circuit in Fig. 10), which
is sufficiently high for most applications. The NRZ DAC
and FIR NRZ DAC approaches have a theoretically higher
AR than the proposed technique, but suffer from ISI or clock
jitter or consume excess power as analyzed in Section IV.
VII. T HERMAL N OISE -D RIVEN OTA D ESIGN
The nonlinearity, clock jitter noise, and ISI are no longer
performance limiting factors in the proposed RSC LPF
approach. Thermal noise is its ultimate performance limit.
Referring to Fig. 3(a), the thermal noise is mainly contributed
by the frontend LPF and the first OTA, while other thermal
noises are suppressed by the gain preceding them.
As the OTAs operate in open loop in the modulator,
a multistage design is not suitable. Despite its large overall
transconductance at low frequencies, the input-referred thermal noise is mainly determined by the transconductance of
its first stage, not the overall one. Besides, to implement
a Gm-C integrator, the OTA must have its dominant pole at the
output node, not an internal node. This excludes the cascaded
type of multistage OTAs.
Fig. 12(a) shows the circuit of a single-stage class-A OTA.
Its transconductance is provided by the differential pair of Ma3
and Ma4 . Its thermal noise is contributed by transistors Ma1 ,
Ma2 , Ma3 , and Ma4 , and is expressed in the following equation
when referred to the input of the OTA:


gm M a2
2
2
1+
· BW
(26)
v̄ na
= 4kT γ
gm M a3
gm M a3
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TABLE I
C OMPONENT VALUES AND T HERMAL N OISE C ONTRIBUTIONS
OF THE T WO M ODULATOR E XAMPLES W ITH THE
T OPOLOGY S HOWN IN F IG . 3(a)

Fig. 12.

(a) Class-A OTA. (b) Class-AB OTA.

where gm M a2 and gm M a3 are the transconductance of the load
transistor Ma2 and Ma3 , respectively, γ is the noise parameter
of the process, k is Boltzmann’s constant, T is the absolute
temperature, and BW is the bandwidth of interest.
Fig. 12(b) shows the structure of a class-AB OTA. Its effective transconductance is the sum of the transconductances of
the p-channel pair and the n-channel pair, which shares the
same dc current. Its bias current can thus be halved to achieve
the same transconductance as the class-A one. The thermal
noise referred to the input of the OTA in Fig. 12(b) is
2
=
v̄ nb

4kT γ

gm M b2

2
· BW
+ gm M b3

(27)

where gm M b2 and gm M b3 are the transconductance of transistors Mb2 and Mb3 , respectively. For the same Gm-C integrator,
gm M b2 + gm M b3 is sized equal to gm M a3 , resulting in
a 50% reduction of the bias current, but with only 50% input
referred thermal noise. The small output range drawback of
the class-AB OTA, however, is not a problem in the proposed
modulator, which has a small signal swing at both the input
and output of its first OTA.
For the above reasons, the single-stage class-AB OTA is
chosen to realize the Gm-C integrators in the proposed modulator. Together with the frontend LPF, the total thermal noise
power referred to the input of the modulator is given by
 BW
2
2
(|2 + s Rin C p |)2 v̄ nb
df
v̄ n = 4kT · 2(Rin + Req )B +
0


3.6
· BW
(28)
= 4kT · 2 Rin + Req +
gm M b2 + gm M b3
where Rin and C p are shown in Fig. 3(c), Req = Ts /C1 is the
2 is the OTA’s
equivalent resistance of the SC DAC, and v̄ nb
noise in (28). The factor of 2 in (28) refers to the fully
differential structure.
The power consumption of the frontend LPF and first
OTA is modeled by
P=

2
VDD
+ (gm M b2 + gm M b3 )Vov VDD
Rin

(29)

where Vov denotes the overdrive voltage of the differential pair
transistors. Inspecting (28) and (29), a tradeoff exists between
Rin and gm M b2 + gm M b3 . v̄ n2 becomes larger but P decreases as
Rin increases. However, the value of gm M b2 + gm M b3 results in
an opposite change in thermal noise and power consumption.
Optimal values of Rin and gm M b2 + gm M b3 can be found to
achieve the lowest power while meeting a specific thermal
noise target.
VIII. M ODULATOR D ESIGN E XAMPLES
The proposed modulator architecture of Fig. 3(a) is neat and
easy to implement. A side benefit of the proposed structure
is that the parasitic capacitor at the input of the frontend
Gm-C integrators does not affect the performance as it can
be absorbed into C P in the design. As a result, the sizes of
the differential pair transistors can be large for better matching
and lower flicker noise.
As analyzed in the previous sections, the proposed simple
structure can achieve a high performance with low power
consumption and has high immunity to clock jitter, ISI, and
aliasing. To further verify these claims, two modulator examples are designed. One is for audio applications with a 25-kHz
bandwidth, designed in a 0.18-μm standard CMOS technology
with a 1.8-V supply. The other design has a wider bandwidth
of 10 MHz for wireless communications applications and is
designed in a standard 65-nm CMOS for its higher speed and
operates from a 1.1-V supply. The sampling frequencies of
the modulators are 12.8 MHz and 2.56 GHz, respectively. The
component values of the two designs and the breakdown of
their thermal noise contributions are listed in Table I. Polysilicon resistors with 4-μm width are used in the simulations.
Transconductance varies under different process corners.
A capacitor tuning scheme is applied to compensate the
variation of the unity-gain frequencies of the Gm-C integrators. Figs. 13 and 14 show output PSDs of the 25-kHz and
10-MHz modulators, respectively, obtained from transistorlevel transient noise simulations at process corners. Both
modulators are not sensitive to process variations. Except
in the ss corner (slow pMOS and slow nMOS) in the
10-MHz design, the harmonics and quantization noise folding
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Fig. 15.
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Layout of the 25-kHz DSM in 0.18-μm CMOS.

Fig. 13. Output PSD: the proposed Gm-C DSM with a 25-kHz bandwidth
and designed in a 0.18-μm CMOS. The PSD is obtained from a fullcircuit transistor-level transient noise simulation with −3.5-dBFS, 5.8-kHz
input signal and the number of FFT point is 65 536, OSR = 256, and
SQNR = 118 dB.

Fig. 16. Postlayout simulation result of 25-kHz example with −3.5-dBFS,
5.8-kHz input signal and 65 536-point FFT and OSR = 256. Components
below 0.4 kHz are not included in the SNDR.

Fig. 14. Output PSD: the proposed Gm-C DSM with a 10-MHz bandwidth
and designed in a 65-nm CMOS. The PSD is obtained from a full-circuit
transistor-level transient noise simulation with −5.2-dBFS, 2.1-MHz input
signal and the number of FFT point is 32 768 and OSR = 128.

are not observable. The slight SNDR degradation at the ss
(slow-slow) corner in the 10-MHz design is due to that the
ON -resistance of switching transistors increases in this corner,
which results in a DAC settling error.
The noise floor in Figs. 13 and 14 corresponds to the
PSD of the thermal noise. From (28) and the component
values given in Table I, the expected thermal noise limited
SNR of the 25-kHz modulator is 96.1 dB for an input
of −3.5 dBFS, and that of the 10-MHz modulator is 82.8 dB
for −5.2 dBFS input. The influence of ISI error is simulated at the transistor level by changing the driving
capability of p-type transistors and n-type transistors in
clock buffers and the simulated results are nearly identical
to Figs. 13 and 14. We have also conducted 40 Monte Carlo
runs on the design and no noticeable performance degradation
is observed.

Fig. 17. Jitter performance of two examples. For 25-kHZ design, standard
deviation of 1% period jitter noise corresponds to 781 ps. For 10-MHz design,
0.1% jitter noise corresponds to a standard deviation of 0.39 ps.

The main disadvantage of the proposed technique is the
large capacitors (Table I) for low-bandwidth modulators.
To estimate the required chip area, the layout of the 25-kHz
example in the 0.18-μm CMOS is given in Fig. 15. It occupies
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TABLE II
S IMULATED P ERFORMANCE AND C OMPARISON W ITH R EPORTED W ORKS

Table II summarizes the simulated performance of the
proposed modulators at the typical–typical (tt) corner.
The high performance is evidenced by their high SFDRs
(101.8 dBc and 85.2 dB, respectively) and their high SNDRs
(95 and 81 dB, respectively). They consume extremely the
low power of 49 μW and 1.36 mW, respectively, leading
to outstanding FoMW of 21.3 and 7.4 fJ/conversion step,
respectively. These FoMs, despite being based on simulations, are better than the state of the arts. Table III shows
the power distribution among their building blocks. In both
modulators, the frontend LPF and the first OTA are the
largest contributors to the power consumption. However, these
powers are inevitable to meet the requirement of the thermal
noise.
IX. C ONCLUSION

TABLE III
D ISTRIBUTION OF P OWER C ONSUMPTION

an active area of 0.4 mm2 . Each transistor of the differential
pairs occupies an area of 60μm2 . According to the process
data, we calculated that the flicker and thermal noise spectra
intersect at 32 Hz, indicating that the flicker noise is not an
issue for the intended applications. The postlayout simulated
output PSD is given in Fig. 16, which degrades only 0.5 dB
and achieves 95-dB SNDR with a −3.5-dBFS input. The lowfrequency noise components are attributed to mismatches due
to parasitics in the layout.
Jitter performance is also simulated at the transistor level,
as shown in Fig. 17. The 25-kHz design can tolerate a jitter
of 781 ps (rms) before the SNR starts to degrade. The 10-MHz
design is more sensitive to clock jitter than the 25-kHz design,
as its sampling period is only 0.39 ns and the ON-resistance
of switches [Fig. 3(c)] in SC DAC cannot be set to be small
enough for a complete settling.

This paper has proposed a power-efficient Gm-C DSM
frontend stage that can achieve high performance against clock
jitter, ISI, and aliasing. The frontend stage is a combination
of an RC LPF for the input and an SC LPF for the feedback
signal. It significantly reduces the signal swing at the input
of the open-loop Gm-C integrator for high linearity at low
power consumption, inherits the clock-jitter insensitivity of
the SC DAC while not imposing any settling requirement to
the OTA, and reduces the effect of aliasing by attenuating the
signal before it is sampled by the SC DAC. The jitter, ISI,
and aliasing performance of the proposed technique have
been independently analyzed and validated by behavioral or
transistor-level simulations. To validate the proposed technique
holistically, two modulators, with bandwidths of 25 kHz and
10 MHz, have been designed in 0.18-μ m and 65-nm CMOS
technologies, respectively. Transistor-level transient noise simulations show that the 25-kHz modulator achieves a 95-dB
SNDR with a power efficiency of 21.3 fJ/conversion step, and
the 10-MHz modulator achieves an 81-dB SNDR with a power
efficiency of 7.4 fJ/conversion step, both in the presence of
clock jitter and asymmetric clock edges. They also achieve
60-dB alias rejection for interferes located around f s . A variation of the proposed frontend stage with even higher alias
rejection capability has also been presented.
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